Abstract-Co-existence problems in a mobile terminal environment pose strict requirements on the linearity of a front-end receiver. In this paper, active feedback is explored as a means to relax such requirements by providing channel selectivity as early as possible in the receiver chain. The proposed receiver architecture addresses some of the most common problems of integrated RF filters, while maintaining their inherent tunability. Through a simplified and intuitive analysis, the operation of the receiver is examined and the design parameters affecting the filter characteristics, such as bandwidth and stopband rejection, are determined. A systematic procedure for analyzing the linearity of the receiver reveals the possibility of LNA distortion canceling, which decouples the trade-off between noise, linearity and harmonic radiation. A prototype designed in a standard 65 nm CMOS process occupies 0.06 mm and utilizes an RF channel-select filter with a 1 to 2.5 GHz tunable center frequency to achieve 48 dB of stopband rejection and a wideband IIP3 +12 dBm.
W
ITH the explosive growth in available wireless standards, next generation wireless transceivers are required to have multi-mode capabilities in order to meet cost, size and time-to-market demands. Furthermore, newly emerging concepts like cognitive radio aim for better utilization of the available radio spectrum through smart sensing and sharing of frequency channels between multiple users [1] . In both cases, a wireless transceiver requires the flexibility of operating within a wide range of frequencies, while simultaneously being able to deal with co-existence problems where, for instance, a receiver tries to detect a weak signal in the vicinity of at least one active transmitter. As a result, high linearity requirements, with IIP3 values as high as 30 to 40 dBm [2] , are needed to prevent desensitization of the receiver.
In theory, such high linearity requirements can be met through RF filtering to only receive the desired frequency channel while rejecting all interferers that may be present at the antenna. Traditionally, high-Q filtering has been implemented by using off-chip components such as SAW filters [3] . In addition to being bulky and expensive, SAW filters are only suitable for selecting a fixed range of frequencies due to their lack of tunability. Therefore, they can only be used for selecting a complete application band at RF and/or IF channel selection where the desired channel is always down-converted to the same frequency. In recent years, there has been renewed interest in N-path filtering techniques [4] due to their suitability for integration in CMOS. In their most recent forms [5] - [8] , these filters utilize the impedance transformation property of passive mixers, where a baseband impedance with low-pass (or high-pass) characteristics is up-converted to RF to achieve a high-Q bandpass (or notch) filter with a programmable center frequency through a clock. As such, this technique is suitable for addressing both linearity and flexibility requirements in wideband and cognitive radio applications. Although quite attractive, these passive mixer filters suffer from several drawbacks that limit their usefulness and/or performance in practice. These include the need for large capacitance/die area, limited stopband rejection, and a trade-off between noise, linearity and harmonic radiation. In [9] , we presented an alternative approach for providing RF channel selectivity via active feedback. The approach overcomes the aforementioned drawbacks of passive mixer filters while retaining their inherent flexibility. In this paper, we extend our work by providing system analysis to determine the main design parameters affecting the filter characteristics, and present a systematic procedure for examining the overall linearity of the system. Furthermore, additional simulation and measurement results are presented.
Section II discusses the problems of integrated RF filters and Section III introduces the active feedback receiver architecture to address these issues. In Section IV, the receiver is analyzed and the filter transfer function is derived. Section V discusses the noise and linearity performance of the proposed architecture, and a robust mechanism for distortion canceling is introduced. Section VI presents the designed chip prototype, Section VII discusses simulation and measurement results, and Section VIII concludes this paper.
II. OPERATION AND LIMITATIONS OF INTEGRATED RF FILTERING
A simplified block diagram of a passive mixer bandpass filter is shown in Fig. 1 . Since there is no isolation between the two sides of the mixer, the low-pass filter (LPF) connected to the mixer is transformed at the RF input into a high-Q bandpass filter centered around the local oscillator (LO) frequency driving the mixer [10] . The square wave LO signal needed for driving the switch also means that scaled versions 0018-9200/$31.00 © 2012 IEEE of the bandpass filter appear around the harmonics of LO . Because these higher harmonic replicas are usually undesirable, one can adopt a double-balanced design to eliminate even-order replicas, as well as harmonic rejection mixers to eliminate the third-and fifth-order replicas [11] , [12] .
One problem of these structures relates to the typical requirements of a front-end receiver in terms of input matching and noise. Generally speaking, both requirements lead to low resistance levels at the RF side of a receiver chain. Therefore, the RC product required for RF channel filtering results in large capacitors, and, consequently, a large die area that does not scale very well with technology. Typical capacitance values required in integrated filter designs are in the range of hundreds of picofarads [7] , [8] .
In addition, the maximum achievable filter rejection is limited by the on-resistance of the switches of the passive mixer. As shown in Fig. 2 , for frequency offsets much larger than the LO frequency, the capacitor acts as a short circuit and maximum stopband rejection at the RF side is limited by the voltage divider formed between the source resistance and the switch resistance. This problem is further exacerbated by the low value of source resistance available at RF as previously explained. To mitigate this issue, one can step-up the source resistance using an off-chip RF transformer [7] . However, the use of such bulky components contradicts the aim of achieving integrated high-Q RF filtering. Even with the use of an RF transformer, large switches are typically needed to achieve moderate rejection values (5 switches for 16 dB rejection [7] ). This directly translates to more parasitic capacitance in the switches and higher power consumption in the LO buffers.
Furthermore, the position of the filter along the RF part of the receiver chain entails a basic trade-off. Filtering prior to the LNA [6] or eliminating it altogether [13] improves linearity at the expense of noise and switching harmonics being injected directly at the antenna node. Conversely, an LNA first architecture offers an opposite trade-off.
In this work, RF channel selection based on an active feedback frequency translation loop is presented. The proposed receiver architecture aims to provide channel selectivity as early as possible in the receiver chain to reduce distortion due to interferers, or equivalently, relax (or possibly eliminate) the receiver filtering requirements for a given application. As such, the work presented in this paper targets one of the key co-existence problems in radio receiver design. The receiver is shown to result in a highly compact and tunable design that mitigates the performance limitations of integrated RF filters discussed above [9] , namely: large capacitance/die area, limited stopband rejection and the trade-off between noise, linearity and harmonic radiation. Other issues that are equally important in the context of co-existence include spurious responses due to harmonic mixing, phase noise and even-order distortion. However, since the proposed architecture poses no specific requirements in relation to these issues, they are viewed as orthogonal problems. That is, techniques available for addressing harmonic mixing [11] , [12] , phase noise [11] , [12] , or even-order distortion [14] , [15] can be employed equally well in an active feedback receiver, and are therefore outside the scope of this paper. Fig. 3 shows a block diagram of the proposed architecture. All signals present at the antenna (desired plus interferers) are amplified using a low-noise amplifier (LNA), then down-converted for further amplification. Along the feedback path, the desired signal bandwidth, now centered at DC, is rejected using a high-pass filter (HPF), while all interferers are up-converted once again and subtracted at the LNA output. As a result, the transfer function from the LNA input to the IF output provides gain for the desired signal and suppression for interferers, effectively creating an RF channel-select filter centered around LO.
III. ACTIVE FEEDBACK FILTERING CONCEPT
Since filtering is chosen to be performed after the LNA, filter noise and harmonic radiation are not a major concern as previously explained. However, the LNA now needs to handle interferers prior to suppression, thus determining the overall linearity of the receiver chain. A robust way to cancel LNA distortion is examined in Section V.
To demonstrate the properties and benefits of such an architecture, the gain and filter transfer function are first derived in Section IV.
IV. ANALYSIS OF ACTIVE FEEDBACK RECEIVER

A. RF-to-IF Gain
A more detailed block diagram that captures the essential characteristics of the proposed architecture is shown in Fig. 4 . In the forward path, the LNA is a transconductor that drives a passive mixer followed by a transimpedance amplifier to improve in-band linearity [12] . The feedback loop is implemented in a shunt-shunt fashion, where the IF output voltage is sensed, filtered and an RF current is fed back through a passive mixer driven by the feedback transconductor . The HPF is a first-order filter with a corner frequency . Whether the loop rejects the desired signal prior to or after V-to-I conversion in does not change the resulting filter transfer function, but has a crucial effect on noise and distortion as will be shown in Section V. Including the output impedance of both transconductors would significantly complicate the analysis, but since both down-and up-conversion operations are performed via current commutating mixers, the driving impedance at one side of the mixer is typically much higher than the load impedance at the other side of the mixer. Consequently, neglecting one or both driving impedances has a negligible effect on the operation of the circuit. The choice to only include the LNA output impedance will be motivated in Section V-B. The RF-to-IF gain of the receiver can be written as (1) where is the frequency offset from LO, is the current conversion gain of the mixer and is assumed to be equal for both up-and down-conversion mixers, and can be defined as an effective RF impedance seen at the output of the LNA in closed loop operation, and is given by (2) where is the RF impedance seen through the down-conversion mixer [10] (3) and is the active feedback loop gain and is equal to (4) Note that the expressions in (3) and (4) are obtained by considering only the down/up-converted gain due to the fundamental component of the LO, and assuming that the version of the signal up-converted by the down-conversion mixer is filtered out by the loop before being down-converted by the up-conversion mixer. For the desired signal, the following assumptions apply: 1) ; 2)
amplifier DC voltage gain; 3)
. Then the in-channel RF-to-IF gain can be simplified as (5) On the other hand, the following assumptions can be made for out-of-channel interferers: 1) ; 2) Large loop bandwidth . As a result, the RF-to-IF gain for out-of-channel interferers is (6) The ratio of (5) and (6) defines the maximum relative suppression of interferers due to the active feedback loop (7) That is, to increase the relative suppression, one has to increase thereby increasing the gain of the desired signal relative to that of the interferer, and/or increase to reduce the gain of the interferer relative to that of the signal.
B. RF Filter Transfer Function
The relative suppression of interferers given by (7) is essentially the stopband rejection of an RF channel-select filter created by the active feedback loop at the output of the LNA. Examining the filter transfer function is an alternative approach that gives further insight into the operation of the circuit.
The transfer function of the filter can be described as the normalized impedance at the output of the LNA. From (2) (8) The resulting filter transfer function can then be written as (9) where (10) (11) with being the pole due to the output impedance of the LNA, and is the low frequency part of the loop gain in (4), and is given by (12) Thus, according to (9) , the filter transfer function can be written as the product of two terms. The first term, , is the contribution of the IF part of the receiver chain up-converted around as evident from (3) and (12) . The second term, , represents the effect of the "RF pole"
on the filter transfer function. Note that approaches as . In fact, the dependence of on is a parasitic effect that should be minimized as will be shown by the end of this section.
To gain further insight into the operation of the feedback loop and the resulting filtering effect, we start with two simplifying assumptions: 1) ; 2)
. The above assumptions leave the HPF as the only block determining the frequency dependence of the loop gain, mainly at small frequency offsets. Under these assumptions, substituting with (12) in (10) results in (13) where is the loop gain at with no HPF present in the loop.
The expression in (13) reveals one of the key aspects of the active feedback receiver, in which the action of the loop in shaping the transfer function from the input to the output of the receiver is to introduce a pole and a zero separated by a factor of . That is, as shown in the bode plot in Fig. 5(a) , the channel bandwidth is determined by the corner frequency of the HPF divided by the . Thus, for a fixed resistance value of the HPF, the capacitance needed to achieve a given channel bandwidth is reduced by a factor proportional to the available loop gain. Since the major part of the loop is at IF, it is relatively easy to achieve a high loop gain and, therefore, significantly reduce the amount of capacitance/die area required. This offers a significant advantage over passive mixer filters since the capacitance values usually needed for channel selection at RF are quite large (hundreds of picofarads) as explained in Section II.
To address the stability of the loop and its effect on filter characteristics, the above simplifying assumptions need to be re-examined. Towards this end, the loop can be conceptually divided into three parts based on the frequency of operation as shown in Fig. 4 : an RF part represented by the pole , a frequency translation interface provided by the mixers, and an IF part representing all IF blocks. By first examining the frequency translation interface and the IF part, one can notice that since the mixers are driven by the same LO signal, the process of down-conversion and subsequent up-conversion ideally introduces no phase shift around the loop. In other words, provided that the two mixers and their driving networks are properly matched, the phase shift around the loop is primarily relative to the frequency offset due to IF blocks rather than absolute frequency due to the mixers. Consequently, the frequency dependence of the loop gain due to both the frequency translation interface and the IF part can be introduced by adding a dominant pole to the voltage gain in the transimpedance amplifier in (4). This sets an upper limit on the loop bandwidth, or equivalently, the stopband of the channel select filter (Fig. 5(b) ). Such a filtering loop is therefore suitable for implementation in a modern high speed process and its bandwidth is expected to improve with technology scaling.
Conversely, the RF part of the loop introduces a phase shift relative to absolute frequency. As expected from (9), Fig. 6(a) shows that the asymmetric response of the RF part introduces some asymmetry in the filter shape. Furthermore, a slower RF part also results in the undesirable effect of shifting the center frequency of the filter (Fig. 6(b) ). However, the IF part remains to be the dominating factor in determining the filter shape, thus, the center frequency of the filter retains programmability through changing the LO frequency.
C. Design Example
The results of Section IV-A and IV-B can be used as a preliminary design guide. As an example, consider the following requirements:
1) Channel 1 . Since the required channel bandwidth is determined by the corner frequency of the HPF divided by the available loop gain ( (13) and Fig. 5(a) ), the corner frequency of the HPF can first be found by noting that we need a loop gain that is at least as large as the desired interference suppression. The design then proceeds by utilizing (5) and (6) to find the ratio of 1 . Given this ratio, the actual values of , and are eventually determined by the noise requirements of the system. Finally, from (4), the stability of the loop can be guaranteed by setting the value of . Based on the above procedure, Fig. 7 shows the calculated RF-to-IF gain of the designed system and the corresponding loop gain. The desired performance parameters are met with a phase margin of approximately 50 . 1 In case of distortion canceling (Section V-B), the ratio is fixed to unity, which couples the signal gain and interference suppression requirements. This effectively creates a trade-off between in-channel and out-ofchannel linearity.
V. NOISE AND LINEARITY
A. Noise Performance
The noise performance of the receiver can be intuitively examined by considering the noise contributions of the forward and feedback paths separately.
The forward path is basically similar to traditional front-end receivers that have been extensively analyzed in part or as a whole in literature [10] , [16] . The noise contribution of the forward path can be reduced by increasing the transconductance of the LNA and by ensuring that the switches operate with non-overlapping clocks. However, in the context of an active feedback receiver, two main issues are of specific concern; namely noise/speed requirements of the IF part of the receiver and impedance matching at the antenna interface.
In a typical receiver, the IF part, by definition, needs only to handle the down-converted channel. Thus, when considering the fundamental trade-off between noise and bandwidth, noise requirements usually take precedence. It is therefore common, even in high speed applications, to design IF blocks that operate in weak inversion to exploit the intrinsically higher transconductance efficiency of a MOS device [12] . On the other hand, in our closed loop receiver, the bandwidth of the IF part determines the loop bandwidth, and, consequently, the stopband of the RF filter. This suggests that the noise-speed trade-off is more pronounced in such a closed loop system. However, with the advances in CMOS scaling, weak inversion operation provides increasingly higher unity gain frequencies, well into the gigahertz range, while maintaining high values [17] , [18] . Thus, a noise-speed trade-off is still possible, and the trade-off is expected to relax with continued technology scaling.
The entire chip prototype presented in Sections VI and VII is based on self-biased inverters and switches, which, in addition to its simplicity, offers several advantages. These include a high Gain-Bandwidth product due to current re-use in inverters, eliminating the need for bias circuitry, lower second-order distortion [19] , and a design that lends itself to easy porting from one technology to another. However since the inverters are biased at roughly half the supply voltage to maximize headroom and provide the same common mode level for cascading stages, they can only operate in strong inversion. As such, the aforementioned noise speed trade-off is not fully exploited. Alternatively, a self-biased inverter structure like the one presented in [20] can be used to provide the possibility of weak/ moderate inversion operation, while retaining the benefits of a simple self-biased inverter. In addition, the "improved inverter" provides roughly twice the voltage gain and reduces flicker noise due to the presence of degeneration devices for self-bias. Indeed, circuit simulations that we have been carrying out lately in a standard 65 nm CMOS process show that such an improved inverter is capable of achieving the same noise figure (NF) as that of a simple self-biased inverter, and lower than half its 1/f corner frequency, for less than one-fourth the current consumption, while still providing a gigahertz range of operation.
In addition, providing the necessary impedance match at the input of the receiver has a significant impact on its NF. Inductor based techniques such as inductive degeneration are widely used to achieve low noise 50 matching [21] - [23] . However, when aiming for a wide tuning range and a compact design, the use of such techniques is undesirable due to their inherent narrowband nature and the large die area required for on-chip inductors. As such, techniques like resistive matching [24] , [25] or noise canceling [26] , [27] present a better alternative.
For sake of simplicity to demonstrate the feedback loop, our chip prototype uses a simple 50 termination to provide input matching at the expense of 3 dB degradation in NF. Alternatively, a significant improvement in NF can be achieved by employing resistive shunt-feedback [24] , [25] . To preserve the down-conversion operation of current commutating mixers, a two stage LNA would be required, in which the first stage provides a 50 match via resistive shunt-feedback, while the second stage provides a high impedance output (such an LNA can still be implemented with self-biased inverters). Another alternative is to replace the 50 resistor at the input of the receiver with a separate matching self-biased inverter connected in shunt with the signal path.
In the feedback path, two cases are considered as shown in Fig. 8 . In case 1, the feedback transconductor is placed at IF followed by the HPF. This is a favorable arrangement since the noise of the feedback transconductor is now filtered out (together with the desired signal) before being up-converted by the mixer to the filter passband. This way, the active feedback loop suppresses out-of-channel interferers without introducing noise in the desired channel. Although filtering prior to the IF transconductor offers better distortion canceling as will be explained in Section VI, simulations show that the NF of the receiver can degrade by as much as 10 dB due to the up-conversion of transconductor's flicker noise to the passband of the filter.
In case 2, the feedback transconductor is placed at RF which introduces one extra "RF pole" inside the loop and changes the up-conversion mixer into a voltage mixer. Since now the feedback transconductor adds only thermal noise to the channel band, its contribution to the total NF of the receiver can still be adequately suppressed by the LNA.
B. Distortion Analysis
In a conventional feedback system with high loop gain, the closed loop gain is primarily determined by the feedback ratio. Therefore, nonlinearities in the feedback path are critical in determining the overall linearity of the system [28] . Thus, for a wideband front-end receiver, utilizing a conventional feedback approach prohibits the use of active feedback components. Even if such a receiver is feasible, perfectly linear amplification of interferers would still pose strict linearity requirements on later stages in the receiver chain.
However, when employing active feedback to provide channel selection, only the desired channel appears amplified at the output while out-of-channel interferers are suppressed. Thus, although the feedback path contains nonlinear elements, in principle it only needs to handle the desired signal which is typically small in amplitude. Furthermore, the linearity of later stages is now less of a concern due to suppressing interferers.
To quantitatively examine the overall linearity of the active feedback receiver, the different sources of distortion are considered as shown in Fig. 8 for the same two feedback cases examined in Section V-A. The circuit is then solved according to the procedure outlined in Appendix A. In its most general form, the procedure is based on obtaining the th-order nonlinear response of the circuit based on all lower order responses. However, since the receiver provides a narrowband response for channel selection, we only focus here on third-order intermodulation (IM3) products which always fall in-channel. By applying the same simplifications for in-channel and out-of-channel signals used in Section IV-A to the results in Appendix A, the different contributions at the output of the receiver can be summarized as shown in Table I .
As a first observation, one can clearly see that the RF filtering provided by the active feedback loop reduces the distortion caused by out-of-channel interferers in the IF part of the receiver ( and ). Furthermore, the distortion caused by in-channel interferers due to the output linearity of the LNA is reduced by the low input impedance of the transimpedance amplifier, but the reduction is limited by the switch resistance of the down-conversion mixer. This is expected since the switch resistance appears in series with the input of the transimpedance amplifier as given by (3), thus limiting the reduction in voltage swing at the output of the LNA. On the other hand, reducing the distortion of due to out-of-channel interferers faces no such limitation. This is because, as long as the output impedance of the feedback transconductor is significantly higher than the switch resistance, providing more loop gain causes the feedback loop to sink more current independently of the switch resistance. That is, unlike passive mixer filters, filter rejection at the RF side is practically not limited by the on-resistance of the mixer switches. This has a twofold benefit. First, it enables the use of smaller switches, which directly translates to smaller switch capacitances and lower power consumption in the driving LO buffers. Second, in a modern CMOS process where output nonlinearity is a major contributor to the total distortion of an active device [29] , the distortion of the LNA due to out-of-channel interferers can be significantly reduced.
The most interesting observation though can be made by examining case 2 for out-of-channel interferers. One can see that the distortion products due to the V-to-I nonlinearity of the LNA and feedback transconductors ( and , respectively) have opposite polarities. Such a direct consequence of the feedback action suggests that some form of distortion canceling is Table I ).
possible. This can be examined by considering only these two distortion components and expressing the change in IM3 distortion due to closed loop operation as (14) Since , denoting this ratio as and rearranging (14) yields the simple relation (15) By plotting (15) in Fig. 9 , one can distinguish two regions of operation separated by the border case of . For , closed loop operation actually causes an increase in IM3 distortion as is reduced. This is expected since the RF-to-IF gain of out-of-channel interferers is inversely proportional to as given by (6), which means that the feedback path needs to handle an amplified version of the interferers present at the input of the receiver, causing its distortion to dominate over that of the LNA. On the other hand, when increasing beyond unity, the change in IM3 distortion approaches zero since now the feedback path needs to handle an attenuated version of the interferers and the distortion of the LNA determines the linearity performance. Increasing also corresponds to a higher loop gain which improves the linearity of the IF part of the receiver as discussed earlier. Thus, although Fig. 9 only considers and , the region for also shows that the nonlinearity of the LNA, which is outside the loop, sets an upper limit on the linearity of the whole receiver chain as expected. Note that this insight into the operation of the loop is in agreement with the general discussion at the beginning of this section.
However, Fig. 9 shows that this limitation can be overcome by setting equal to unity, i.e., by matching the LNA and feedback transconductances. Under this condition, the distortion of the LNA can be canceled because an inverted replica of input interferers is forced at the output via the feedback action, causing the feedback transconductance to perfectly sink the distortion currents sourced by the LNA. In other words, with the aid of negative feedback, the LNA and the feedback transconductor form a voltage mirror for out-of-channel interferers. This arrangement has several advantages:
1) It cancels LNA distortion caused by out-of-channel interferers without placing the LNA inside the loop, thus avoiding injecting noise and mixer harmonics at the antenna, which significantly decouples the noise-linearityharmonic radiation trade-off that typically exists in passive mixer filters (Section II). 2) As opposed to having the LNA inside the loop, filtering at the output of the LNA eliminates at least one extra pole from the loop, which results in a higher loop BW for the same phase margin.
3) It is a large signal linearization based on matching a nonlinear V-to-I operation with a similar nonlinear I-to-V operation. 4) It is based on feedback and matching transconductances, which makes it robust to process spread. 5) The nonlinearity of the feedback path is not a limitation. In case 1, our simplified analysis predicts that such cancellation is not possible due to the presence of the HPF between the two transconductors which prevent the in-channel IM3 product from flowing between the two transconductors. However, with the up-conversion mixer placed between the two transconductors, full circuit simulations of the receiver show that partial cancellation is still possible. The cancellation in this case still exhibits the same dependence on the ratio of transconductors (i.e., maximum partial cancellation for equal transconductors), but, due to the frequency translation between the inputs of two transconductors, only holds when the BW of the LNA is higher than the loop bandwidth plus LO frequency. Further investigation of these observations is still required.
VI. IMPLEMENTATION
To verify the concept, an active feedback receiver front-end was designed and implemented in a 65 nm low-power (LP) standard CMOS process. As explained in Section V-A, the design shown in Fig. 10 is entirely based on self-biased inverters and switches.
One set of switches arranged in a double balanced fashion down-converts the differential RF input (i.e., 2-phase real signal) into differential I/Q signals (i.e., 4-phase complex signal) at IF. A similar set of switches in the feedback path combines the I/Q signals to perform the reverse operation. As expected, the 25 switches are about 3 to 5 times smaller than what is typically seen in state-of-the-art designs using passive mixers for filtering [7] , [8] . The feedback transconductors are placed at IF and followed by the HPF to filter out flicker noise before being up-converted to the channel band. Furthermore, the LNA and feedback transconductors are matched to exploit partial IM3 cancellation as explained in Section V-B. Although placing the matched feedback transconductors at RF would, in general, offer better cancellation, the relatively high output impedance of the forward path in this design severely degrades the loop gain when driving the voltage mixers necessary for up-conversion. Therefore, partial IM3 cancellation is chosen as a compromise in this design. An on-chip clock divider is included to generate the 4-phase LO necessary for differential I/Q operation. The measurement interface provides isolation to measure the output without disturbing the loop. Noise and full channel bandwidth can be measured via the inverter buffers, while actual in-band gain and linearity can be measured via large (15 k ) output resistors.
The feedback loop in the designed receiver has a gain of about 20 dB 10 reduction in capacitance) and a unity gain frequency of 500 MHz on either side of the LO frequency. The total capacitance in this design is only 60 pF (15 pF 4 for differential I/Q operation) to achieve a 5 MHz channel bandwidth. The benefit in area reduction is evident from the die photograph in Fig. 11 . The chip is pad limited due to the multiple outputs required for testing, with an active area 0.06 mm including the clock circuitry. Table II shows a comparison of simulated key receiver parameters for open and closed loop operation. The closed loop in-band gain drops by less than 4 dB due to the loading effect of the feedback path. As expected the NF degradation due to closed loop operation is minor (0.3 dB) because the noise of the feedback path within the desired channel bandwidth is heavily filtered out by the HPF. At a relatively small frequency offset of 20 MHz, the receiver rejection ratio is improved by almost 14 dB, achieved at RF at the output of the LNA.
VII. SIMULATION AND MEASUREMENT RESULTS
Consequently, as expected, two-tone simulations show an improvement in maximum wideband IIP3 of about 15 dB, achieved at more than 3 times lower frequency offset compared to the open loop case. Similar improvement is simulated for the wideband blocking performance of the receiver, i.e., the blocker power level at which the small signal gain of the desired signal drops by 1 dB (P-1dB). The current consumption in closed loop operation is higher by approximately 20 mA mainly due to the four IF transconductors matched to the LNA.
Since filtering after the LNA would normally cause the LNA to set an upper limit on the overall linearity of the receiver (Section V-B), the improvement in IIP3 due to distortion canceling is examined by comparing the maximum IIP3 achieved by the active feedback receiver to the maximum IIP3 that can be achieved by the LNA. Simulations of the self-biased inverter LNA with 50 matching at its input and the same test tones listed in Table II show a maximum IIP3 of approximately 4 dBm, achieved when the LNA output is presented with a perfect AC short circuit. Comparing this value to that listed in Table II indicates that the effect of distortion canceling is about 8 to 9 dB. Fig. 12(a) shows the measured RF-to-IF gain for positive and negative frequency offsets for the case of a 2 GHz LO frequency . The receiver achieves a gain of 30 dB (measurement buffers de-embedded), and a channel bandwidth of 5 MHz and different values of is also shown in Fig. 12(b) , with a similar variation range of 0.5 dB. Similar results have been measured for . According to the analysis in Section IV-B, such a symmetry of the measured RF-to-IF gain for positive and negative frequency offsets, as well as the tunability for different values of LO frequency, indicate that the operation of the loop is primarily determined by the IF blocks and that the bandwidth of the RF part of the loop is not a limitation.
The RF-to-IF gain has also been measured for 10 chip samples. The results for 2 GHz and are shown in Fig. 13 . The average RF-to-IF gain is 30.8 dB and the average maximum stopband rejection is 48.2 dB (Fig. 13(a) ). The standard deviation of gain versus frequency offset is shown in Fig. 13(b) , with a maximum in-band deviation of around 0.6 dB at 2.5 MHz, and a maximum stopband rejection deviation of less than 1.6 dB at 300 MHz. The corresponding standard deviation of channel bandwidth for is shown in Fig. 13(c) , with a mean channel bandwidth of 2.4 MHz on either side of the LO. Similar results, with similar statistics, have been measured across the entire range of measurement ( 500 MHz 500 MHz for 1 GHz 2.5 GHz). Fig. 14 shows a measured DSB NF in the range of 7.25-8.9 dB for 1-2.5 GHz, measured at a single differential output (I or Q) at a frequency offset of 2 MHz (1/f noise corner frequency 500 kHz). As discussed in Section V-A, and as shown by the simulation results in Table II , the relatively high NF of the receiver is not due to a fundamental limitation of the active feedback architecture, but mainly due to the simple 50 termination at the input and the use of self-biased inverters operating in strong inversion regime. As discussed in Section V-A, by employing an alternative matching technique like resistive shunt-feedback, an estimated 1.5 to 2 dB lower NF can be achieved. In addition, by employing the improved self-biased inverters discussed in Section V-A, significant reduction in NF for the same power level becomes feasible.
The linearity of the active feedback receiver is examined with two-tone measurements. Since we are only interested in intermodulation products that fall inside the channel bandwidth, measurement is carried out with the two tones located at frequency offsets of and 25 kHz, such that the lower intermodulation product always falls in-channel at 25 kHz. The measurement results shown in Fig. 15 show a wideband IIP3 12 dBm for interferers at 60 MHz offset. The difference between in-channel IIP3 (about 20 dBm) and wideband IIP3 indicates an improvement of 33 dB thanks mainly to the feedback loop, with 8 to 9 dB of that improvement due to partial IM3 cancellation as indicated from simulations.
In addition, IIP3 measurements for 10 chip samples are shown in Fig. 16 for GHz and , with the solid line indicating the average IIP3 ( Fig. 16(a) ) and a maximum standard deviation of 1.6 dB ( Fig. 16(b) ). Similar results with similar statistics have been measured for negative frequency offsets and all values of LO frequencies. Fig. 17 shows the blocking performance of the receiver. Measured P-1dB exhibits a maximum of 3 dBm for a blocker at 120 MHz ( 19 dB improvement). Similarly, P-1dB measurements for 10 chip samples are also shown in Fig. 18 for 2 GHz and . The circuit core consumes 62 mW (excluding clock circuitry and measurement buffers) from a 1.2 V supply. Table III gives a summary of measured parameters and compares performance to other state-of-the-art receivers. The presented design occupies about 80% to 97% less die area, while achieving comparable or better performance. The bandwidth of 5 MHz is suitable for most applications in the 1 to 2.5 GHz range and increasing it would further reduce the die size. Compared to the highest stopband rejection ( 50 dB) reported by the superheterodyne architecture in [6] , the direct conversion receiver presented in this paper achieves a comparable rejection of (48 dB) at about 5 times the frequency offset while occupying 8% of the die area. Better or comparable wideband IIP3 of 12 dBm is measured at 2.5 to 13 times lower frequency offset (60 MHz) compared to most reported values [12] , [30] . Moreover, this design significantly outperforms previously reported feedback-based receivers [30] , [31] in terms of gain, frequency range, stopband rejection and wideband IIP3 while maintaining a competitive performance for other receiver parameters.
VIII. CONCLUSION
In this paper, active feedback for RF channel selection has been presented. Filtering is achieved by employing a frequency translation loop with a high loop gain to convert an IF HPF to an RF channel-select filter. The large value of on-chip capacitance typically needed in passive mixer filters is reduced in the active feedback receiver by a factor proportional to the available loop gain, which results in a highly compact design. In a modern high speed CMOS process, the RF filter characteristics are primarily determined by the IF part of the loop and, thus, the filter maintains tunability through changing the clock frequency. In addition, due to the active nature of the feedback path, the maximum rejection achievable in the stopband of the filter is not limited by the switch resistance of the mixers. This allows for using significantly smaller switches and consequently translates to lower power consumption in the LO buffers. Furthermore, the feedback loop offers the possibility of utilizing a voltage mirror for canceling the IM3 distortion products caused by out-of-channel interferers in the LNA. This eliminates the limitation set by the LNA on the linearity of the receiver chain without filtering prior to the LNA, therefore avoiding noise and harmonics injection at the antenna.
A prototype of a direct conversion receiver employing an active feedback loop has been designed and implemented in a 65 nm standard CMOS process. The design occupies 80 to 97% less die area compared to other state-of-the-art receivers and is tunable over a range of 1 to 2.5 GHz. The receiver achieves a measured maximum stopband rejection of 48 dB and a measured wideband IIP3 12 dBm, while maintaining a competitive performance for other receiver parameters.
APPENDIX NONLINEAR SYSTEM RESPONSE
In this section, a general procedure for deriving the response of a nonlinear amplifier with feedback is given and applied for the active feedback receiver.
The procedure is outlined in Fig. 19 and is as follows: (a) Given a small signal excitation , the first-order (linear) response of the system is first obtained. The first-order response is the set of all node voltages (or, equivalently, branch currents). (b) The excitation source is then deactivated and the firstorder voltages are used as inputs to find the second-order response of the system. (c) In a similar manner, the third-order response can be obtained by considering the sum of first-and second-order voltages as inputs to a third order system. (d) The procedure is repeated for higher order responses. Strictly speaking, the above procedure is an approximation because it ignores further interactions between the resulting distortion components. For instance, the third-order distortion products obtained in step 3 mix with first-and second-order voltages via the second-order term . However, such secondary effects render the procedure quite cumbersome for hand calculations while providing no insight and marginal accuracy benefits.
The aforementioned procedure can now be applied to the active feedback system shown in Fig. 8 where only third-order nonlinearities are considered. The aim is to find the third-order intermodulation (IM3) response of the system in response to two-tone excitation.
By first examining the transfer function of the system derived in Section IV-A, the first-order node voltages of the forward path can be written as (16) (17) (18) where the shorthand subscript notation is used to indicate the frequency of interest, i.e., for IF quantities and for RF quantities, where is any circuit quantity with frequency dependence.
In addition, approximating the HPF as a reciprocal block, the first-order node voltages of the feedback path can be found: (19) (20) Having determined the first-order response, we can now proceed with finding the desired third-order response.
IM3 Distortion Due to the Forward Path: In the forward path, the following nonlinear contributions are considered:
(a) Third-order LNA nonlinearity due to input excitation . where again the shorthand subscript notation is used for the IM3 response i.e., for IF quantities and for RF quantities, where is any circuit quantity with frequency dependence and is the frequency offset of the IM3 product.
The first term on the right-hand side of (21)- (24) represents the third-order intermodulation distortion product generated by the LNA, while the second term in each of the equations represents the linear feedback of the IM3 product through the active feedback loop. Substituting with (16)- (18) in (21)- (24) and collecting terms yields the required IM3 distortion products 
